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COST-EFFECTIVE METHOD FOR
DETERMINING A PULSE RESPONSE OF A
HIGH-RESOLUTION, BAND-LIMITED
RADAR CHANNEL

FIELD OF THE INVENTION

The invention relates to a cost-effective method for deter-
mining a pulse response of a high-resolution, band-limited
radar channel.

DESCRIPTION OF THE RELATED
TECHNOLOGY

DE 41 43 215 Al describes a near-range radar (NR)
network comprising a non-cooperative, modular locating
system whose fundamental system structure is illustrated in
FIG. 1. In FIG. 1 the NR network has N modules respec-
tively formed by four radar stations R; (i=1 . . . 4).
Stationary, that is, non-rotating, antennas are installed in the
individual radar stations so as to minimize reflections and
shadowing from buildings. The stationary antennas, which
together illuminate a control region K, have an extremely
large horizontal apex angle.

To simultaneously achieve a range of up to 1.5 km and a
range resolution of 2 to 3 m with a low transmitting power
of approximately 1 W, pulse-compression signals, that is,
temporally-expanded pulses, are used which have a time-
bandwidth product much larger than one due to a differen-
tiated fine structure. The use of fixed antennas and a low
transmitting power permits a cost-effective, low-
maintenance embodiment of the individual radar stations R;.

So that the individual radar stations R; of a module or
radar stations of different modules do not mutually interfere
with one another, the individual radar stations of the entire
NR network transmit temporally independently. Moreover,
all of the radar stations transmit in the same frequency band,
preferably the X-band, at a measuring repetition frequency
of 100 Hz. The measured data of the individual measuring
stations R; are collected by a modular computer and further
processed.

Using one-dimensional echo profiles measured by the
individual radar stations, the modular computer calculates
the positions of moving objects in the control region to be
monitored. Because only radial distances are measured, the
location of an object follows from the point of intersection
of circular arcs intersecting around the radar stations R;
(FIG. 1).

For monitoring large airport regions, a several modules
are used whose modular computers are again connected to a
central network computer. The network computer controls,
coordinates and synchronizes the individual modules and
collects the resulting data and provides them further to the
higher-ordered SMGC (Surface Movement Guidance and
Control) planning system.

Because the NR network described in DE 41 43 215 Al
must be used to detect smaller objects located next to very
large objects, a relative dynamic range of 50 dB is necessary
within an echo profile; however, due to unavoidable corre-
lation sidelobes, such a dynamic range is unattainable with
binary phase-coded, expanded transmitted pulses having a
maximum time-bandwidth product of 64 in the transmitter,
and with matched filtering in the receiver. In the concept of
signal processing at the receiver pursued up to now in the
NR network, the Applicant has used as a basis complemen-
tary binary codes that are processed in the receiver with a
matched filter system.
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2

The special correlation property of complementary codes
is utilized here; complementary codes are code pairs con-
structed such that, in pair-wise, linear superposition of the
auto-correlation functions, the correlation sidelobes mutu-
ally cancel each other out. In a real system, the individual
codes forming a complementary code pair are transmitted
consecutively and supplied to corresponding, matched filters
in the receiver. The desired compensation of the correlation
sidelobes can be achieved through inphase linear superpo-
sition of the signals at the output of the matched filters.

In real systems, however, it is known that problems arise
in receivers that operate with signal-matched filtering if, on
the one hand, the initial phases of the echo signals are not
known exactly in the receiver, as in radar systems, and, on
the other hand, Doppler shifts occur. In these cases, com-
pensation of correlation sidelobes is not adequately effective
for this application.

As an alternative to the receiver concept pursued up to this
point, the basic principle of a receiver concept described
here is known (T. Felhauer, P. Voigt , P. W. Baier and A M
ammela, “Die Optimalschatzung als vorteilhafte Alternative
zur Korrelation in Radarsystemen mit expandierten
Impulsen [Optimum Estimation as an Alternative to Corre-
lation in Radar Systems Using Expanded Pulses],” “AE
U Magazine, Vol. 46 (1992), No. 1, pp. 32-38), but can be
implemented, in modified form, very cost-effectively and
efficiently taking into consideration the special marginal
conditions for the considered application. The basic prin-
ciple of this receiver concept is the first topic discussed
below.

First, only the system components relevant for algorithms
for optimum receiver-side signal processing that is unbiased
with respect to the principle structure of a radar station R;
(i=1, ..., 4) are described; band-pass signals Sz(t), whose
bandwidth is much smaller than the carrier frequency f,, are
represented by their complex low-pass equivalent s p(t),

sgp(t)=Re [§TP([)@jznf0t]- @
Complex variables are indicated by underlining, while
matrices and vectors are shown in bold type. The symbols
()* and ()7 indicate complex-conjugated and transponded,
respectively.

FIG. 2 shows the basic structure of such a system, which
comprises a radar transmitter 1, a radar channel 2, an adder
4 for feeding in an interference signal, and a radar receiver
3. A binary phase-coded expanded transmitted pulse is
digitally generated in the radar transmitter in that the binary
code elements c; € [-1, +1] of the binary code

e=(cs, & - - - EN)T )]
of length N are read out of a digital memory 10 at temporal
intervals T, (chip duration) and supplied to a transmitting
filter 11 having the impulse response h(t). The analog,
binary phase-coded, expanded pulse

N
a(t)y= kzl et — k1)

©)
is subsequently transmitted to the radar channel 2, which is
formed by the free space between the transmitter output and
the receiver input and the back-scattering objects present
therein. The owverall transmission behavior of the radar
channel 2 can be described by its channel impulse response
h(t). The signal



5,805,107

3

. @
o = f ™ ae— om0

at the receiver input, over which the additive noise n.(t) is
superimposed, is supplied to a receiving filter 30 having the
impulse response h_(t). In accordance with Eq. (7), the signal
e(t) at the input of a channel estimator 31 is calculated
according to FIG. 1 using

HO)=h(0)*h(0)"he(T) ®
and
nO=n(*h(v), (©®
where the symbol “*” stands for convolution:
@

N
e= X ¢ x(t=iTo) + (o).
= i=1 - -

With the channel estimator 31 in FIG. 2, the most precise
possible estimation of the impulse response of the radar
channel 2 can be determined from the received signal e(t) in
accordance with Eq. (7) and by using some type of a priori
knowledge. Because the radar channel impulse response is
determined by the reflecting objects within the radar
channel, the desired information about location, speed and
type of the reflecting objects in the radar channel 2 can be
determined through evaluation of the estimated radar chan-
nel impulse response.

In principle, however, only an estimate X (t) of a function
x(t), referred to hereinafter as the measurable channel
impulse response, can be determined in accordance with Eq.
(5). Regardless of the applied receiver-side signal process-
ing in the channel estimator 31, the transmitting filter 11 and
the receiving filter 30 must therefore be correspondingly
selected so that information about the reflected objects in the
radar channel 2 can be obtained in a simple manner from the
measurable channel pulse response x(T).

The received signal e(t) in accordance with Eq. (7) is fed
in a channel estimator 31 having digital signal processing
according to FIG. 3. Because only M range gates are of
interest here, the measurable channel pulse response is only
evaluated within a time interval

0Z£tEM-1) T.. 8)

For an expanded transmitted pulse a(t) in accordance with
Eq. (3) and having a duration NT_, the received signal
e(t) is only influenced by the relevant range of the measur-
able channel pulse response x(t) within the time interval

0= r=(M+N-1)T.. (©)
With a vector
0=(04, Do - - -5 Mapen-a)” 10y

of the samples n; of the noise n(t), which is additively
superimposed over the received signal e(t) according to Eq.
(7) during the time interval of Eq. (9), and the vector

X=(%1, Xop -+« XM)T

a1
of the samples of the measurable channel pulse response
x(T) in accordance with Eq. (5) in the time interval according
to Eq. (8), it follows for the samples ¢; of the received signal
e(t) in accordance with Eq. (7) that
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within the time interval according to Eq. (9). In accordance
with Eq. (12), therefore, in principle only samples x; of the
measurable channel pulse response x(T) can be determined
with a channel estimator 31 having digital signal processing.
A necessary requirement for a relative dynamic range of 40
to 50 dB, regardless of the type of receiver-side signal
processing for channel estimation, is therefore a function of
the selection of the transmitting and receiving filters 11 and
30, respectively.

With respect of simplicity, the binary code ¢ according to
Eq. (2) stored in the transmitter 1 is characterized as an
expanded transmitted pulse, the vector x according to Eq.
(11) as a channel pulse response, and its components x; with
(i=1 ... M) as potential reflectivities, the vector n according
to Eq. (10) as additive noise, and the vector e according to
Eq. (12) as a received signal.

The most widely used technique of digital signal process-
ing in the receiver of expanded pulses is correlation based on
matched filtering. In this type of receiver-side signal
processing, the received signal e according to Eq. (12) is
correlated with the time-inverse, complex-conjugated,
expanded transmitted pulse ¢ according to Eq. (2). With the
matrix-vector notation used here, the estimation X, of the
channel pulse response x is obtained at the output of a
matched filter (matched filter) in that the received signal e
according to Eq. (12) is multiplied by the matrix A*7, that
is,

£yp=A*Te=A"TA xeA* T,

(13)

When an expanded transmitted pulse reaches a matched
filter, the auto-correlation function of the transmitted pulse
is obtained at the filter input, which function comprises the
main-peak of the correlation, also called compressed pulse,
and smaller secondary correlation maxima (correlation
sidelobes).

If, however, matched filtering is used in a multi path
scenario, which may involve closely-arranged targets having
widely-varying backscatter cross sections, the correlation
sidelobes at the filter output that are unavoidable in matched
filtering are extremely disturbing, because they mask main
correlation peaks due to smaller targets (—detection loss), or
main correlation peaks of non-existent targets can deceive
(—false alarm).

The obvious problem of secondary maxima that also
arises in the use of special, expanded pulses with matched
filtering can basically be solved with the aid of unbiased
estimation algorithms, because systematic estimation errors
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comparable to the correlation sidelobes can be avoided in
advance with estimation algorithms because they are unbi-
ased.

For an optimum estimation matrix X, that is unbiased,
the received signal ¢ according to Eq. (12) is multiplied by
the estimation matrix S equals (A*T A)"IA*T , that is,

Zos5=8 e=(A*TA) A e=x+(A*TA) A . 14

Because it is unbiased, the estimation R,¢ according to
Eq. (14) is identical to the true channel pulse response X up
to the additive noise component (A**A) " A*”n, in contrast
to the estimation X, according to Eq. (13). Moreover, the
channel estimation %, according to Eq. (14) is an optimum
unbiased channel estimation, because

with uncorrelated noise n, it is the channel estimate in

which the variances E[[&5,~xJ*] of the unbiased esti-
mation values X; are minimal,

with white Gaussian noise, it maximizes the likelihood

function p(e|x), and

after filtering with the expanded transmitted pulse ¢

known in the receiver and in accordance with Eq. (2),
it approximates the received signal e according to Eq.
(12) in the sense of least squared errors.

An optimum unbiased channel estimator is characterized
in its entirety by the estimation matrix S according to Eq.
(14). Although the matrix elements S, which are largest in
terms of amount, are typically concentrated in a band of
width N around the primary diagonals of the estimation
matrix S, with a dynamic range requirement of 40 to 50 dB,
the matrix elements S; that are small in terms of amount are
not disregarded outside of this band.

The multiplication S e of the received signal e according
to Eq. (12) and the completely-occupied estimation matrix
S according to Eq. (14), which is to be performed in
optimum unbiased channel estimation, as shown in FIG.
4(a) and 4(b), can be performed through filtering of the
received signal e according to Eq. (12) with a digital
correlator with R equals 2M+N-1 time-varying filtering
coefficients wy(k) (i=1, 2, . . ., 2M+N-1; k=1 . . . M).

In accordance with equations (12) and (14), the estimation
matrix S of an optimum unbiased channel estimator is
determined exclusively by the expanded transmitted pulse
¢ according to Eq. (2). Because the expanded transmitted
pulse ¢ is known in the receiver 3, the estimation matrix
S can theoretically be calculated a priori offline and stored
in the receiver 3.

To determine the effectively-transmitted pulse, calibration
measurements are taken at relatively short time intervals.
Consequently, in practice the estimation matrix S is also to
be re-created at relatively short intervals. The inversion of
the matrix A*?A to be performed in accordance with Eq.
(14) is, however, highly computation-intensive, even if used
in cost-effective methods.

OBJECTS AND SUMMARY OF THE
INVENTION

Accordingly, the present invention has an object, among
others, to overcome deficiencies in the prior art such as
noted above.

It is therefore the object of the invention to provide a
method of continued high-resolution unbiased channel esti-
mation for radar stations of a modular near range radar (NR)
network using spread spectrum signals or expanded pulses,
and that is based on optimum unbiased channel estimation,
but, because of special marginal conditions, such as in the
NR network, can be implemented particularly cost-

10

15

20

25

30

35

40

45

50

55

60

65

6

effectively in a somewhat modified form and with specially-
optimized transmitted pulses.

In accordance with the invention, the use of a modified
optimum unbiased estimation effects a cost-effective
embodiment of a digital signal processing that meets the
strenuous real-time conditions, with an estimation matrix
that is far less complicated to calculate, in, for example, an
NR network. Thus, with respect to signal processing, an
optimum method is created for determining an impulse
response of a radar channel having high resolution in the
radar stations of, for example, a modular NR network.

BRIEF DESCRIPTION OF THE DRAWING

The invention is described in detail below by way of
preferred embodiments, with reference to the drawings,
wherein:

FIG. 1 is a schematic view of a basic structure of a
near-range radar network;

FIG. 2 is a schematic view of a of a known model of a
radar station R;

FIG. 3 is a block diagram of a channel estimator using
digital signal processing;

FIG. 4(a) is a block diagram of a digital correlator for
implementing optimum unbiased channel estimation;

FIG. 4(b) is a table;

FIG. 5 is a block diagram of a preferred embodiment of
a cyclical correlator for implementing a modified channel
estimation in accordance with the invention that meets
expectations;

FIG. 6 is a block diagram of an implementation of the
unbiased modified channel estimation in accordance with
the invention;

FIGS. 7(a) and (b) are graphs in which the magnitude |
A(D)] of a code spectrum A(f) and the magnitude |R(T)| of an
auto-correlation function R(t) of two binary codes are
shown on the ordinate, and £.T, or /T, is shown on the
abscissa;

FIGS. 8(a) to 8(c) are curves of optimization results for
different code lengths N;

FIG. 9 is a schematic view of a receiving device having
an STC unit and a compensation unit;

FIGS. 10(a) to 10(c) are graphs showing respectively, the
magnitude |f,¢ of estimated impulse responses R,¢ In a
Doppler shift wherein respectively

a) f, equals 500 Hz,

b) f; equals 1000 Hz,

¢) £, equals 2000 Hz;

FIG. 11 is a graph in which an effectiveness measure v(£,)
is shown as a function of a Doppler shift f; for optimized
binary codes of specific length, the shift being shown on the
abscissa;

FIG. 12 is a block diagram of a basic structure of a
receiver of a digital system using unbiased channel estima-
tion;

FIGS. 13(a) to 13(c) are graphs in which an SNR degra-
dation d g is shown on the ordinate as a function of the word
length m,,, shown on the abscissa, of quantized elements of
the estimation matrix of an optimum channel unbiased
estimator for binary codes of differing code lengths N;

FIGS. 14(a) to 14(c) are graphs in which an effectiveness
measure V for optimized binary codes of a specific length N
is shown on the ordinate as a function of a wordlength m,,
for different wordlengths m,, the former being shown on the
abscissa;



5,805,107

7

FIG. 15 is a graph in which a process gain p,(dB) is shown
on the ordinate as a function of a number K of integration
steps for different Doppler shifts, the number being shown
on the abscissa; and

FIG. 16 is a graph in which the process gain p(dB) is
shown as a function of a number K of integration steps for
different pulse repetition durations T,, the number being
shown on the abscissa.

DETAILED DESCRIPTION OF THE
PREFERRED EMBODIMENT

A modified algorithm for cost-effective unbiased channel
estimation is now described in detail. It is known that a
matrix B can be inverted in a particularly cost-effective
manner if the matrix B is of right hand circular type, that is,
if the following applies:

r "

by by bs by1 by as
by b1 b by2 byt
[_f =
by b3 bs ... by b
If the Matrix A of the dimension (M4+N-1)xM in Eq. (12)

is expanded to the quadratic right hand circular matrix A

r e 0 . . 0 |ew a oo 2 | 16)
2 a . 0 N c3
S a2 o
. N
Ap=| o a0 0
N o |4 0 0
g & .
. . 0
0 . . 0 ov| e @]

of the dirne*nsion (M+N-1)x(M+N-1), the foll%)wing applies
with a extended channel pulse response:

XE=(L .. % O...07 a7
x n— 1 zeroes
and, moreover, for the received signal
1
e=A Xtn=Ap gt (18)

Because the matrix Az according to Eq. (16) is quadratic, in
contrast to the matrix A according to Eq. (12), it follows that,
for a modified unbiased channel estimator,

Rrios=@Ae A T ApTe=Ar AT At Te=A e

(19

with the received signal ¢ according to Eq. (18). The
modified unbiased channel estimator according to Eq. (19)
is thus characterized by an estimation matrix A, ". The
modified channel estimation according to Eq. (19), which is
unbiased and in which the received signal e according to Eq.
(18) is multiplied by the estimation matrix A", can be less
expensive implemented because the matrix A.~"' is con-
structed to circulate to the right, as a cyclical correlation of
the received signal e according to Eq. (18) or Eq. (12) with
the elements W, ;, with i=1 . . . M+N-1 in the first line of
the estimation matrix Az ~" (FIG. 5). Because the (M+N-1)
coefficients t,=W, ; of the cyclical correlation gate according
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to FIG. 5 are a function of both of the expanded transmitted
pulse ¢ according to Eq. (2) and the number M of observed
range gates, in contrast to the signal-adapted filtering
according to Eq. (13), the modified unbiased channel esti-
mation according to Eq. (19) utilizes not only the a priori
knowledge about the transmitted expanded pulse ¢, but also
about the number M of observed range gates, and thus the
maximum range of interest of the radar channel.

For a matrix A, that circulates to the right, the transfor-
mation matrix T, which transforms the matrix Az into a
diagonal matrix, is the matrix

I=IDFT=[e—j2c(r—1)(l—1)/(M+N—1)]’ nl=1... M+N-1 (20)
of the discrete Fourier transformation (DFT).

With T, in accordance with Eq. (20) and the discrete
Fourier-transformation
ew; 0. .. 0)'=Tprrce

A=Tppr{ci, ¢2 - - - 21)

of the expanded transmitted pulses ¢ extended by (M-1)
zero elements, the matrix A, in accordance with Eq. (16)

1 (22)

Ag T*prrATprT,

="M N1

which circulates to the right, is transformed into the diagonal
matrix

A=diag(dy, &y - - - Rypiy—1)=diag(d). (23
With Eq. (22) and the relationship
Tppr*=Topr*=Topr H(M+N-1), (29

which applies for the unitary matrix T, in accordance
with Eq. (20), it follows for the representation of the
unbiased channel estimation and is equivalent to Eq. (19) in
frequency range that

Zuos = Ag'e = BrirA " Iorre. @3
—
1
—_—
I
-

I

Thus, the modified unbiased channel estimator as shown in
FIG. 6, can be realized in accordance with Eq. (25). In the
modified unbiased channel estimation according to Eq. (25)
the discrete Fourier-transformed T, z;€ of the received sig-
nal ¢ according to Eq. (18) or (12) is formed in a first step
I. In a second step II, the actual channel estimation, the
unbiased estimation

AilzDFT £=ZDFT£E+A712DFTQJ (26)

of the discrete Fourier-(DF)-transformed T, ,.,x, of the
extended channel impulse response X, in accordance with
Eq. (17) is determined with the received signal ¢ according
to Eq. (18) or (12) and A according to Eq. (23) by dividing
the ith component of the vector T, ;¢ with the ith compo-
nent 3, of the discrete Fourier-transformed 2. of the extended
expanded transmitted pulse ¢, according to Eq. (21). In a
third step III, the unbiased estimation X, of the extended
channel impulse response x5 according to Eq. (17) is cal-
culated by inverse DF transformation of the estimation
AT ppr € in accordance with Eq. (26).

Because calibration measurements must be performed in
a short-circuited transmitter and receiver at intervals of
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approximately 1 minute in the observed NR network in
order to achieve a dynamic range of 40 to 50 dB, the vector
A according to Eq. (21) is to be replaced by the DF
transformation of the effective expanded pulse measured in
the receiver during the calibration measurement in the
modified channel unbiased estimation according to FIG. 6.
In the implementation of the modified channel unbiased
estimation according to FIG. 6, the matrix Ag according to
Eq. (16) need not be inverted after each calibration mea-
surement; rather, only the DF transformation of the effective
extended expanded pulse recorded during the calibration
measurement and calculated according to Eq. (21) must be
determined.

In accordance with Eq. (25) and FIG. 6, the modified
unbiased channel estimator can be embodied for such
expanded pulses ¢ for which all magnituds |&] (i=1 . . . N)
of the discrete Fourier-transformation } equal T,y cz
according to Eq. (21) differ from zero.

In physical terms, this means that the discrete Fourier-
transformation T, X, of the extended channel impulse
response X5 according to Eq. (17) can only be estimated in
an unbiased manner with those spectral values with which
the transmitted, expanded pulse ¢ excites the radar channel
with non-diminishing energy.

Due to a reflecting object in the radar channel, an unbi-
ased estimate X,; Or X,,0s; 18 Obtained for the reflectivity
x, of this object at the output of a unbiased channel estimator
18. In contrast, systematic errors comparable to correlation
sidelobes at the output of a matched filter are a-priori
avoided by using unbiased channel estimation. If the addi-
tive noise n according to Eq. (10) is included in the received
signal e according to Eq. (12), an additive noise whose
power is, however, always greater than the power of the
additive noise at the output of a matched filter is obtained at
the output of a unbiased channel estimator. Due to the
elimination of the correlation sidelobes in unbiased channel
estimation, the signal-to-noise ratio (SNR) at the output of
the unbiased channel estimator is lower by the SNR degra-
dation d,g or dy,ng in comparison to the maximum SNR at

the output of a matched filter. Because
Prir/dB =P, /dB=10 Ig N @7
applies for the maximum process gain P, .z of the

matched filter for an expanded transmitted pulse ¢ of length
N, it follows for the process gain of the optimum unbiased
channel estimator according to Eq. (14) that:

Pos/dB=p,,r/dB-dos/dB 28

and, for the process gain of the modified unbiased channel
estimator according to Eq. (19) which can be implemented
cost-effectively,

Prios/dB=ppr/dB=—dns/dB 29)

In the interest of attaining a large process gain, in unbi-
ased channel estimation, expanded transmitted pulses ¢ must
be selected such that the SNR degradation d,,¢ or d, g in
accordance with Eq. (28) or Eq. (29), respectively, is as
small as possible. Therefore, an SNR degradation of less
than 2 dB is required for the NR network.

For cost-effective generation of the transmitted signal in
the radar stations of the NR network, binary phase-coded
expanded pulses ¢ are exclusively discussed below, i.e., c; €
[-1, +1], (i=1 . . . N). To achieve a range resolution of
approximately 2 m, the chip duration T, equals 14 ns.
Moreover, only binary codes ¢ of length N equals 16, 32 and
64 are discussed below. Table 1 summarizes the individual
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points of the requirement profile of the expanded transmitted
pulse c.

TABLE 1

Modulation Type
Chip Duration
Code Length
SNR Degradation

binary phase-shift keying
T.=14ns (= Ar=21m)
N =16, 32 or 64

<2 dB

As explained above, in unbiased channel estimation,
systematic estimation errors comparable to the correlation
sidelobes in matched filtering are avoided from the outset.
The dynamic range achievable in unbiased channel estima-
tion is therefore only limited by the additive noise at the
receiver output. Hence, in unbiased channel estimation,
expanded transmitted pulses ¢ are to be optimized such that
the process gains p,g and p,,o¢ are as large as possible, or
the SNR degradations d,g and d,,¢ in equations (28) and
(29) are as small as possible.

If the ith element on the mean diagonal of the matrix (
A*" Ay in Eq. (14) is indicated by 1;, the SNR degradation
dos of the optimum unbiased channel estimator can be
calculated as

(30)
d,s/dB = max [10 Ig (#:N)]

taking into consideration the above explanations. With the
DF-transformed 2 of the extended expanded transmitted
pulse ¢z according to Eq. (21), the SNR degradation d,,sg
of the modified unbiased channel estimator can be calculated
as

@D

MAN-1 1 M+N-1 1
dyos/dB = 10 lg z |‘Yr2|
r=1 M

+N-1)? =1 P

It should be kept in mind that both d, ¢ according to Eq.
(30) and d,,,s according to Eq. (31) are dependent on the
expanded transmitted pulse ¢ according to Eq. (2) and the
number M of observed range gates. Extensive tests have
shown, however, that the influence of the parameter M on
the SNR degradations d¢ and d, ¢ according to equations
(30) and (31), respectively, is small enough to be disregarded
if M>>holds. Furthermore, the SNR degradation d, g of the
modified, less expensive unbiased channel estimator is
always greater than the SNR degradation d,g of the opti-
mum unbiased channel estimator.

For suitable binary codes that meet the requirement
profile according to Table 1, on the one hand, and with which
low SNR degradations d, ¢ and d,, 5 can be achieved, on the
other hand, first an explanation is given for the SNR
degradation d,,., using Eq. (31) as a point of departure. In
accordance with Eq. (31), the SNR degradation d,,,¢ is
exclusively determined by the magnitudes [A] of the ele-
ments h; (i=1 . . . M+N-1) of the DF-transformed i of the
extended expanded transmitted pulse ¢ according to Eq.
(21), with the lower-quantity values ), yield the largest
contribution to the SNR degradation d,,,s. Taking into
consideration the relationship

j — 32a
=a (= -
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with

N (32b)

Al ciexp(=j2nfT{i - 1]),

—_

I=

the large contribution of the small values [&] to the SNR
degradation d, ¢ according to Eq. (31) becomes apparent
using the estimator structure in FIG. 6, because the unbiased
channel estimator according to FIG. 6, as the inverse filter
for the DF-transformed A of the extended expanded trans-
mitted pulse ¢, according to Eq. (21), has a substantial
amplification for spectral values for which | is small.
Corresponding to this amplification, however, the useful
signal as well as the noise n according to Eq. (10) that is
additively superimposed over the received signal ¢ are
amplified with frequency-selective amplification. FIGS. 7a
and 7b illustrate the amounts of the periodic spectra A (f)
where (fT.=1) according to Eq. (32b), and of the auto-
correlation functions R(t) of two binary codes of length N
equals 11, which are suited to different degrees for unbiased
channel estimation.

Although the ratio of the main correlation peak to the
largest correlation sidelobes (peak-to-sidelobe ratio PSR) is
equal for the auto-correlation functions of both binary codes,
the SNR degradations d, ¢ differ greatly. whereas the SNR
degradation d,,, according to Eq. (31) is only 0.93 dB with
the binary code according to FIG. 7a, the binary code
according to FIG. 7b is unsuitable for unbiased channel
estimation, because of the SNR degradation d,, ¢ of 17.8
dB. Binary codes ¢, which are particularly well-suited for
unbiased channel estimation, are therefore distinguished by
a particularly constant course of the magnitude |A(f)| of the
spectrum A(f) according to Eq. (32b).

The simplest method of determining suitable binary codes
c is a computer-supported search of all possible codes. For
a code length of N=16, this type of search of all 65,536
possible binary codes is possible with a powerful mainframe
computer. For the further code lengths of N equals 32 and
64, a comprehensive search is no longer possible, so simu-
lations with binary codes that are randomly selected are
suggested. In a simulation for determining suitable binary
codes with a mainframe computer, the binary codes ¢ having
the lowest SNR degradation d,,ns according to Eq. (31)
were determined from binary codes of length N=16 among
all 65,536 possible binary codes.

Moreover, for N equals 32 and 64, respectively, one
million binary codes were randomly chosen by a random
number generator, and the binary code most suitable for
channel unbiased estimation because of the lowest SNR
degradation d,,,s was respectively determined. FIGS. 8(a)
to 8(c¢) lists, in hexadecimal representation, the binary codes
of length N equals 16, 32 and 64 that were determined within
the scope of a simulation. FIGS. 8(a)-8(c) further show the
associated values of the effectiveness measure d 5 according
to Eq. (30), d,sns according to Eq. (31) and PSR and the
magnitude |A(F)| of the code spectrum A(f) according to Eq.
(32b). While the SNR degradations of 1,03 dB and 0.95 dB,
respectively, achieved with the binary codes ¢ of length N
equals 16 and 32 shown in FIG. 8 are clearly less than the
maximum permissible SNR degradation of 2 dB according
to Table 1, the SNR degradation of 2.2 dB achieved with the
binary code of length N equals 64 only approximates the
minimum requirement according to Table 1.

In FIG. 8(a) the code length N=16; the measures of
effectiveness are d,¢=1.02 dB, d,;,s=1.04 dB, and PSR=
18.10 dB. The hexadecimal representation is 2 8 3 3.

In FIG. 8(b) the code length N=32; the measures of
effectiveness are d,=0.94 dB, d,,;,s=0.96 dB, and PSR=
18.06 dB. The hexadecimal representation isO0OF2 D 56
6.
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In FIG. 8(C) the code length N=64; the measures of
effectiveness are d,¢=2.13 dB, d,,,s=2.22 dB, and PSR=
18.06 dB. The hexadecimal representation is4 843 BAB
4EFS8S6DE4B.

An example of conversion of hexadecimal to binary
representation for N=16: 2, 8, 3, 3, corresponds to 0010,
1000, 0011, 0011 or ——+4—, +———, ——++, ——++.

Extensive tests by Applicant have revealed that an abso-
Iute dynamic range of approximately 90 to 100 dB is
desirable in the NR network. This absolute dynamic range
can be separated into

1. a dynamic range of approximately 50 dB, which is

achieved through the application by an STC
(Sensitivity Time Control) unit in the amplification of
the received signal, and

2. a relative dynamic range within an echo profile of 40

to 50 dB, so that very small objects can also be detected
in the vicinity of large objects located in the control
region of the NR network.

The STC unit used in the receiver devices of the indi-
vidual radar stations of the NR network is a time-variable
amplifier arrangement with which the influence of the radio-
field damping is compensated. Moreover, this STC unit
ensures that the signal does not fall below the limiting
sensitivity of the receiver, even with very weak echo signals.
The regulating voltage of the STC is digitally stored in the
receiver, and can thus be used as a priori knowledge in
digital, receiver-side signal processing.

The relative dynamic range within an echo profile is
defined below as a maximum ratio of the magnitudes of two
reflectivities that can be detected from the estimated channel
impulse response of the radar channel after radio-field
damping compensation. In unbiased channel estimation,
because the correlation sidelobes are avoided from the
outset, the achievable dynamic range is still limited only by
the additive noise, that is, by the SNR degradation d,g or
d,s0s according to Eq. (30) or (31), with a fixed SNR at the
receiver input and a predetermined code length N. Minimal
or very low SNR degradations are achieved with the binary
codes in FIG. 8, and therefore the binary codes shown in
FIG. 8 are particularly well-suited for a receiver concept that
includes unbiased channel estimation.

The STC unit implemented in the receiver devices of the
radar stations of the NR network is an amplifier unit with
time-variable amplification. The regulating voltage of the
STC unit is selected such that the influence of the radio-field
damping is compensated, that is, echo signals due to reflect-
ing objects near the radar antenna are damped, while echo
signals due to reflecting objects at the outer periphery of the
control region of the NRN module are amplified. The STC
unit is also necessary to prevent the limiting sensitivity of
the receiver from not being met. The course of the regulating
voltage over time is digitally stored in the receiver. The
influence of the STC unit is to be compensated after the
received signal has been digitized, regardless of the type of
receiver-side signal processing used for channel estimation.

FIG. 9 shows a receiving device 20 that includes an STC
unit 21 and a corresponding compensation device. First, the
received signal e(t) according to Eq. (7) is supplied to the
STC unit 21. The signal g,(t) at the output of the STC unit
21 is amplified in accordance with the time-variable regu-
lating voltage k(t). Because of the desired digital signal
processing in the channel estimation, the signal e (t) is first
supplied to a sampling unit 22 with a sampling frequency fc
equals 1/T,. If the samples k(iT,) (i=1, . . . , M+N-1) of the
regulating voltage k(t) stored digitally in a memory 23 in the
receiver 20 are characterized as k; (i=1, . . . M+N-1), the
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following is obtained for the vector of the samples of the
signal ¢,(t) using the samples ¢; (i=1, . . . M+N-1) of the
received signal e(t) according to Eq. (7):

o (T PPN J VRVIR) LL L (ST-THN Y- VIR §M+N—{$§)
Because the dynamic range in digital signal processing is
significantly greater than at the receiver input when the word
length of the digitized samples ¢, , (i=1, . . . M+N-1) is
sufficiently large, the influence of the STC unit 21 can be
compensated again after the signal e,(t) has been digitized.
In a compensation device 24 of FIG. 9, the vector ¢
according to Eq. (12) is formed from the vector ¢, according
to Eq. (33) in accordance with

e=ee1/kss Seolkos « s Genrn-1Karen-)- (34
It can be seen from Eq. (34) that the compensation of the
STC unit influence must be performed independently of the
type of receiver-side signal processing for channel estima-
tion. The actual channel estimation is then performed in a
channpel estimator 25.

If an expanded transmitted pulse a(t) having a carrier
frequency f, is reflected by a moving target with radial
velocity v, with respect to the radar antenna, the carrier
frequency of the reflected echo signal is shifted by the
Doppler frequency

2\/, 0 (35)

fa=—p2
where ¢, is the light speed. The carrier frequency of the
expanded transmitted pulse reflected by a moving target is
increased by the Doppler frequency f, according to Eq. (35)
if the target moves towards the radar antenna, and is
decreased by the Doppler frequency f, if the target moves
away from the radar antenna. Due to the Doppler frequency
f, the reflectivities x, are time-variant, i.e.

A, fot (36)

xi(f) =)_ciejznfdir =xe/ i=1...M

<o
According to Eq. (36), the argument arg(x,(t)) of the com-
plex reflectivity x,(t) changes with time t due to the Doppler
frequency f,, , while the magpitude |x| of the complex
reflectivity X(t) can be assumed to be time-invariant for the
duration of the reflection, that is, for the duration N T_ of the
expanded transmitted pulse a(t).

If moving targets are within the control region of an NR
network module, the received signal at the associated radar
stations equals the sum of time-shifted and Doppler-shifted
versions of the expanded transmitted pulse a(t) that have
been weighted with the complex reflectivities x;. However,
because the optimum unbiased channel estimator character-
ized by the estimation matrix (A*TA)*A*T according to Eq.
(14) approximates the received signal by means of a sum of
time-shifted and weighted versions of the transmitted, non-
Doppler-shifted, expanded pulse ¢ in the sense of the least
squared errors, the estimation X, according to Eq. (14) at
the output of the optimum unbiased channel estimator, or the
estimation %,,,¢ according to Eq. (19) at the output of the
modified unbiased channel estimator, is no longer unbiased
for a Doppler-shifted received signal.

The minimum ratio of the expectation E[|%,|) of the
magnitude |X,g,| of the estimation value %X, and the maxi-
mum systematic error max(E[|&s,|]) (r=1) is inserted in the
logarithmic argument
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min E[PEOSi 1l

{ max

v(fa)/dB =20 1g —_—
;w1 ElkxosdD

) )]

as a measure of effectiveness v(f,) for evaluating the sys-
tematic errors due to an individual moving target having the
complex reflectivity x; ¢ according to Eq. (36) at the
output of a unbiased channel estimator. The measure of
effectiveness v(f,) according to Eq. (37), which is compa-
rable to the PSR of the correlation function at the output of
a signal-adapted filter, is a direct measure for the maximum
relative dynamic range achievable with large SNR. The
transmitted, expanded pulse a(t) according to Eq. (3) should
now experience a Doppler shift during reflection by a
moving target in the control region of an NR network
module, the Doppler shift being unknown in the receiver.
Doppler shifts f; in an interval of -2000 Hz={,=2000 Hz
are to be expected. For reasons of symmetry, Doppler
frequencies in a range of 0={,=2000 Hz are discussed
below. Moreover, only the optimized binary codes of length
N equals 16, 32 and 64 shown in FIG. 8 are discussed.

FIGS. 10 (@) through (c¢) show the magnitude of the
estimated channel pulse response %, according to Eq. (14)
at the output of an optimum unbiased channel estimator for
f, equals 500 Hz, 1000 Hz and 2000 Hz, respectively, with
the optimized binary code of length N equals 32 having been
selected as the expanded transmitted pulse ¢ according to
Eq. (2) (M=700 range gates, single target with [x|=0 dB in
the center of the channel). The chip duration T, equals 14 ns,
and the transmitting frequency f, is 10 GHz. As expected
(and apparent from FIGS. 10 (a) through (¢)), the systematic
estimation errors increase as the Doppler shift f; increases
(FIG. 10).

The quotient v(f,), which is a direct measure for the
relative dynamic range that can be achieved within an echo
profile with large SNR, was introduced in Eq. (37) as a
measure of effectiveness for evaluating the systematic esti-
mation errors at the output of an unbiased channel estimator
with differing Doppler shifts f,. FIG. 11 shows the measure
of effectiveness v(fy) in dB according to Eq. (37), which is
shown over the Doppler shift £, in Hz for the optimized
binary codes of length N equals 16, 32 and 64.

The product N-T_-f, of the pulse duration N-T, and the
Doppler shift £, is decisive for the influence of a Doppler
shift £;. This product is a measure for the phase rotation over
the pulse duration N-T, due to the Doppler shift £, With a
predetermined chip duration of T, equals 14 ns and a fixed
Doppler shift f,, therefore, the measure of effectiveness v(f,)
according to Eq. (37) decreases with an increasing code
length N (FIG. 11). It is critical, however, to establish that,
with the anticipated Doppler shifts £, of up to 2000 Hz, with
the optimized binary codes, the relative dynamic range that
can be achieved with large SNR with unbiased estimation is
significantly greater than the required relative dynamic
range of 50 dB.

The algorithms discussed at the outset for use in channel
unbiased estimation are digital signal-processing algo-
rithms. Therefore, the quadrature components € (t) and e(t)
of the received signal g(t)=e{1)+j e,(t) according to Eq. (7)
are first sampled at a sampling frequency f, in the receiver
of each radar station. The scanning values e, of the received
signal e(t) are subsequently subjected to a quantization

O =w=w 4w, i=1 . . . M+N-1. (38)

Because of the simple implementation option, the equi-

distant rectangular quantization scheme is discussed below;
in the quantization, the scanning values €, and ey, of the
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quadrature components e, (t) and e, (t) of the received signal
e(t) according to Eq. (7) are supplied to two Mp-stage
quantizers of the same type, having quantization word
lengths m_/bit equals 1d(Mj) and whose transmission
behavior has a zero-point-symmetrical characteristic curve
with equidistant threshold spacing.

In a digital system, the quantized samples Q(e;) according
to Eq. (38) are represented by binary code words of length
m,_/bit. The signal-processing steps, sampling, quantization
and binary coding, together are characterized as analog-
digital conversion. In addition to the samples ¢; of the
received signal ¢(t) according to Eq. (7), however, the
elements of the estimation matrix that characterizes a chan-
nel estimator in its entirety, where the estimator is unbiased,
are only stored in a digital memory with a finite word length
m,,/bit. The basic structure of the receiver of a digital system
using unbiased channel estimation according to FIG. 12 is
discussed below.

A microprocessor or a Digital Signal Processor (DSP)
whose internal word length is clearly greater than the word
lengths m_ or m,, can be used as the digital computing unit
in which the actual channel estimation is performed. With
decreasing word lengths m_ or m,,, the channel estimations
Ros OF X605 according to Eq. (14) or (19), respectively, are
increasingly adulterated by the quantization error. A small
word length m_ of the receiver-side AD converter is,
however, advantageous since the complexity of an AD
converter increases significantly with an increasing word
length. Furthermore, a small word length m,, is advanta-
geous because the size of the digital memory necessary for
storing the estimation matrix and the necessary data transfer
between the digital memory and the digital computing unit
during channel estimation increase.

The quotient of the square of the reflectivity of largest
magnitude max(|x])* and the expected value of the average
quadratic deviation 1/M |%,s —x/> between the channel
estimation %,¢ and the true channel pulse response x is
inserted in the logarithmic argument

I )’ (39
V/dB =10 Ig

1 -
E\ 3F lros—AP )

as a global measure of effectiveness for evaluating the
estimation error X,,; —X; that increases with decreasing word
length m_ and m,,. The measure of effectiveness V accord-
ing to Eq. (39) is a measure for the relative dynamic range
that is achievable within an echo profile as a function of the
word lengths m, and m,, in a noiseless case.

FIGS. 134 through ¢ show the SNR degradation d 4 of an
optimum unbiased channel estimator over the word length
m,,/bit for the optimized binary codes of length N equals 16,
32 and 64. The curves shown in FIG. 13 show that, for
typical word lengths of fast digital memories of, for
example, m,,=8 bits, the influence of the word length m,, of
the quantized elements of the estimation matrix (A*7A)™"
A*T of an optimum unbiased channel estimator on the SNR
degradation d ¢ is negligible, regardless of the binary code
used.

FIGS. 14a through 14c¢ again show the measure of effec-
tiveness V according to Eq. (39) for the optimized binary
codes of length N equals 16, 32 and 64 for different word
lengths m_. FIGS. 144 through 14c¢ show that, for m,,<m_,
an increase in the dynamic range of 6 dB/bit is achieved with
increasing word length m,,. An optimum estimation
dynamic range is achieved if m,, is selected to be equal to
m,, because for m_>m,,, the estimation errors limit the
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estimation dynamic range because of the finite word length
m,,, and with word lengths of m,,>m_, no increase in the
estimation dynamic range can be achieved. To be able to
achieve the required relative dynamic range of 40 to 50 dB
with large, SNR at the receiver input both the word length
m, and the word length m,, must be selected to be greater
than 8 bits.

Tests performed by Applicant have shown that, in the
noise-free case, the required relative dynamic range of 40 to
50 dB can be achieved by unbiased optimum channel
estimation even under consideration of maximum Doppler
shifts of 2000 Hz to be expected in the NR network, and with
a suitable selection of the word lengths used for digital
signal processing. The relative dynamic range that is actu-
ally achieved in real, noise-afflicted operation of the indi-
vidual radar stations in FIG. 1 is thus determined only by the
additive noise at the estimator output, or by the process gain
in receiver-side signal processing.

With the above-described NR network, a target having a
radar cross section of 1 m* can be detected in a range of 1000
m with a transmitting power of 1 W. with consideration of
the antenna gain, the noise factor of the receiver antenna,
possible atmospheric damping, etc., in the above-described
scenario the SNR at the receiver input is approximately 25
dB. Target detection is therefore only possible if, in the
receiver-side signal processing, a process gain p of at least
25 dB is achieved. The process gain p that can be achieved
through the receiver-side signal processing is the sum of the
process gain p,s of the unbiased channel estimator and a
process gain p; achieved through coherent pulse integration
in accordance with

PIAB —poo/dBp dB 225 dB. (40)
With equations (27) and (28) and the SNR degradation d,¢
according to FIG. 8 the process gains p,, listed in Table 2

result for the optimized binary codes of length N equals 16,
32 and 64.

TABLE 2
N =16 N=32 N =64
Pos/dB 11.02 14.11 15.93

A coherent integration at the input of the channel estima-
tor is advantageous with respect to a possible low compu-
tational complexity for unbiased channel estimation. Each
radar station should transmit binary phase-coded, expanded
pulses of the duration N-T_ at time intervals T,, with
T,>>N-T..

The process gain p; achievable through coherent integra-
tion is defined as the ratio of the SNR v, at the output of
the channel estimator after K integration steps to the SNR
Y.. at the output of the channel estimator without coherent
integration; i.e.

YaK )
Yat '

In a time-variant radar channel, the process gain p;
according to Eq. (41) thus increases in accordance with

Gy

pi/dB=101g (

pifdBlg_o =10 Iig K (42)

with an increasing number K of integration steps.
Theoretically, in a time-invariant radar channel, an arbi-
trarily high process gain p; according to Eq. (41) can be
attained through coherent integration according to Eq. (42).
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In contrast, in a radar channel that is time-variant due to
moving objects in the control field of the NR network, the
process gain that can be achieved is always smaller than the
process gain according to Eq. (42), that is,

Pi/dBlfde <10igK (43)
because, due to the non-diminishing Doppler shifts, the
phases of the respective useful signal components to be
integrated are not equal, so no completely constructive
superimposing occurs.

The product £, -T, of the maximum Doppler shift .
and the pulse repetition time T, has a significant influence on
the maximum process gain p,,.. that can be achieved
through coherent integration. The smaller £, T, is, the
larger the process gain p,,,, .- Because the maximum Doppler
shift to be expected in the considered NR network equals
2000 Hz, the selection of the pulse repetition time T, is of

considerable significance.

If T, is selected to be small, a large process gain p; can be
achieved through coherent integration, on the one hand, but,
on the other hand, a serious overshoot problem arises in the
receiver. The overshoot problem lies in the fact that, during
the active time interval of the receiver, not only echo signals
due to the expanded pulse transmitted immediately before,
but also echo signals from reflecting objects in the overshoot
range due to expanded pulses not transmitted immediately
before are received.

The overshoot problem is solved naturally if the pulse
repetition time T, is selected to be so large that echo signals
of reflecting objects in the owvershoot range due to an
expanded transmitted pulse also decay before the successive
expanded transmitted pulse is transmitted. In the NR
network, reflecting objects up to a maximum range of 4500
m are considered relevant. If the pulse repetition time T, is
at least equal to 30 us, the overshoot is no longer significant.

The maximum process gain p,,,,. that can be achieved
through coherent integration, and the number K, of the
integration steps necessary to achieve p,,,.. have been
determined with the simulation results as a function of the
parameters f, and T,, with only the optimized binary code of
length N=32 being considered. The influence of the code
length N on the results shown in FIG. 15 is, however,
negligible, because N-T_<<T,. In FIG. 15 the process gain p;
for T,=30 us is shown as a function of the number K of
integration steps for different Doppler shifts f, As the
Doppler shift f; becomes smaller, however, the maximum
process gain p,,,,. achievable through coherent integration
and the number K, of the integration steps necessary to
achieve p;,,,. Increases.

In FIG. 16, the process gain p; is again depicted for
different values of the pulse repetition frequency T, versus
the number K of integration steps, with the selection of the
frequency shift f£,=2000 Hz. It can be inferred from FIG. 16
that the maximum achievable process gain p,,,,. increases
with a decreasing pulse repetition time T,; however, an
overshoot can occur in the receiver for T,<30 us.

The maximum process gain p,,,. attainable through
coherent integration and the optimum number K, of inte-
gration steps necessary for attaining p,,., for different
values of the considered parameters are listed in Table 3.
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TABLE 3
T,/us fd/HZ Pimax/dB KUP‘
30 500 11.87 25
30 1000 8.87 12
30 2000 5.90 6
10 2000 10.62 19
20 2000 7.63 9
40 2000 4.66 5

With the use of the optimized binary code of length N=32
with Eq. (40) and the values listed in Tables 2 and 3, a
resulting maximum process gain of 20.01 dB can be
achieved with unbiased channel estimation and coherent
integration for T,=30 us and f,, . =2000 Hz. To attain the
required process gain of 25 dB, either only Doppler shifts of
500 Hz maximum are allowed, or the transmitting power is
to be increased to 3.15 W.

The foregoing description of the specific embodiments
will so fully reveal the general nature of the invention that
others can, by applying current knowledge, readily modify
and/or adapt for various applications such specific embodi-
ments without undue experimentation and without departing
from the generic concept, and, therefore, such adaptations
and modifications should and are intended to be compre-
hended within the meaning and range of equivalents of the
disclosed embodiments. The means and materials for car-
rying out various disclosed functions may take a variety of
alternative forms without departing from the invention. It is
to be understood that the phraseology or terminology
employed herein is for the purpose of description and not of
limitation.

What is claimed is:

1. A method for determining a complex impulse response
of a high-resolution, band-limited radar channel in a radar
station transmitting a binary phase-coded expanded trans-
mitted pulse a(t), the method including

receiving a complex vector signal g,

expanding the transmitted pulse a(t) with respect to band-
width using a binary complex vector spread code ¢ of
length N and a chip duration T_, from the received
signal ¢;

superimposing a complex vector additive interference
signal n;

performing in a time range covering M range gates of
interest according to the spread code c; and

modifying the linear optimum estimation by determining
a linear optimum unbiased estimation pulse response
Xaros Of the band-limited radar channel according to

A

-1
os=Ar &

where the step of determining further comprises

forming a complex matrix Az by widening of the rect-
angular matrix represented by the complex scalar com-
ponents ¢, of the spread code ¢ to form a quadratic
matrix that circulates to the right,
forming an inverse estimation matrix A, "' of the matrix
A, and
multiplying the inverse estimation matrix by the sampled
received signal e and to modify the linear, optimum
estimation in the channel estimator.
2. The method according to claim 1, wherein the step of
determining the modified, optimum unbiased channel esti-
mate X,,0s includes:
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providing a cyclical, digital correlator in a first line of the
inverse estimation matrix A, ~! comprising means for
cyclical correlation of the received signal ¢ having
elements W, ,, with i=1 . . . M+N-1, with the (M+N-1)
filter coefficients t;=W, ,, wherein the cyclical, digital
correlator is a function of both the expanded transmit-
ted pulse spread code ¢ and the number M of range
gates of interest, whereby a priori knowledge about the
number M of range gates of interest and therefore the
maximum range of the radar system to be considered is
used in addition to the knowledge about the spread
code c.

3. The method according to claim 1, wherein the step of
determining the modified, optimum unbiased estimation
pulse response X,,.¢ further comprises three steps: first,
calculation of the discrete Fourier spectrum of the received
signal ¢; second, division of the discrete spectral values of
the received signal e by discrete spectral values of the
effective transmitted signal obtained through a calibration
measurement; and third, determination of the modified unbi-
ased estimation X,,,c by means of an inverse discrete
Fourier transformation of the estimation value obtained from
the division performed in the second step.

4. The method according to claim 3, wherein:

the first step is performed through the formation of the
discrete Fourier transformation T, ¢ of the received
signal g;

the second step is performed through an actual channel
estimation, in which the optimum unbiased estimation

-1 -1
A ZDFT £=ZDFT EE“'A ZDFT n

of the discrete Fourier-transformation T, %, of the
extended channel pulse response

XE=XLX - X (...007
[ S N —
x N —1 zeroes

is determined with the received signal ¢ and the diago-
nal matrix A in that the ith component of the vector
Trrr € 1s divided by the ith component }; of the
discrete Fourier-transformation

A=ZDFT(£1, Covv - Chs 0... 0)T=ZDFT Ce

of the extended, expanded transmitted pulse c,, where

A=diag(Ap A . . . Ayon_g)=diag(d,), i=1, 2. . . M+N-1;

and

the third step is performed through the inverse discrete
Fourier transformation T, of the estimation

1 -1
A IDFT §=ZDFT {E"‘A ZDFT n,

such that the modified, optimum unbiased estimation
Xpos Of the extended channel pulse response x. is in
the form of

A

—1 —1 A-1
Ymos=Ar e=Iprr A7 Ipere.

5. The method according to claim 1, including application
of Sensitivity Time Control (STC) by providing an amplifier
unit including means for changing amplification over time
through a control voltage provided in a receiver such that the
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control voltage, stored with respect to its course over time,
is selected such that an influence of radio-field damping is
compensated, and the analog received signal e(t) is ampli-
fied to a compensated analog received signal e, (t) as a
function of the stored control voltage.

6. The method according to claim 5, wherein, after being
digitized, analog received signals ¢,(t) subjected to STC
amplification regulation are supplied as digital received
signals e, to a compensation device (29) in which the
influence of the previous STC amplification is compensated
again.

7. The method according to claim 1, including use of a
binary code for the spread code and, consequently, of a
corresponding binary-coded, phase-shift keying modulation
of the transmitted pulses.

8. The method according to claim 7, including a step of
selecting the spread code ¢ to achieve a virtually constant
course of the magnitude |A(f)| of the spectrum according to
an equation

N
-x

A
an- =z

ciexp(—j2afT i - 1]),

such that degradation of the signal-to-noise ratio is as low as
possible.

9. The method according to claim 1, wherein the vector
signal e is an analog received signal e(t) and time signal
quadrature components €,t) and () of the analog received
signal ¢(t) are formed in a receiver, are sampled at a
sampling frequency f =1/T, of the spread code, and samples
¢; are subsequently subjected to a quantization

Ole)=w=wp+ws,;, i=1 . . . M+N-1.

10. The method according to claim 1, comprising
providing a microprocessor or a digital signal processor

(DSP) whose internal word lengths are significantly

greater than a word length m, or m,,,
where m_/bit is a quantization word length of the samples

of the received signal ¢, and m,,/bit is a finite word

length of the elements of the estimation matrix, and
using the microprocessor or digital signal processor as a
digital computing unit for channel estimation.
11. The method according to claim 1, including
establishing an optimum value of a process gain that can
be attained through coherent integration by the product
e T where £, is a maximum Doppler shift and T,
is a pulse repetition frequency.

12. The method according to claim 1, wherein the radar
station is a modular short-range radar (NR) network.

13. The method according to claim 12, including appli-
cation of Sensitivity Time Control (STC) by providing an
amplifier unit including means for changing amplification
over time through a control voltage provided in a receiver
such that the control voltage, stored with respect to its course
over time, is selected such that an influence of radio-field
damping is compensated, and the analog received signal
e(t) is amplified to a compensated analog received signal
ex(t) as a function of the stored control voltage.

14. The method according to claim 13, wherein, after
being digitized, analog received signals ¢,(t) subjected to
STC amplification regulation are supplied as digital received
signals e, to a compensation device (29) in which the
influence of the previous STC amplification is compensated
again.

15. The method according to claim 12, including use of a
binary code for the spread code and, consequently, of a
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corresponding binary-coded, phase-shift keying modulation
of the transmitted pulses.

16. The method according to claim 15, including a step of
selecting the spread code c to achieve a virtually constant
course of the magnitude |A(f)| of the spectrum according to
an equation

N
=2
=1

AP ciexp(—j2nfTdi - 1])

such that degradation of the signal-to-noise ratio is as low as
possible.

17. The method according to claim 12, wherein the vector
signal e is an analog received signal e(t) and time signal
quadrature components e,(t) and e(t) of the analog received
signal e(t) are formed in a receiver, are sampled at a
sampling frequency £ =1/T_ of the spread code, and samples
¢; are subsequently subjected to a quantization

O(e)=w=w;+We,, i=1 . . . M+N-1.
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18. The method according to claim 12, comprising

providing a microprocessor or a digital signal processor
(DSP) whose internal word lengths are significantly
greater than a word length m, or m,,,

where m_/bit is a quantization word length of the samples
of the received signal e, and m,/bit is a finite word
length of the elements of the estimation matrix, and

using the microprocessor or digital signal processor as a
digital computing unit for channel estimation.
19. The method according to claim 12, including

establishing an optimum value of a process gain that can
be attained through coherent integration by the product
fynee T, where £, 18 a maximum Doppler shift and T,

is a pulse repetition period.

* * * * *



